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Abstract—In this article, we propose a wideband mixer-
first receiver with improved in-band (IB) linearity. It uses
bootstrapped N-path mixer switches to achieve a constant ON-
state gate–source voltage for large IB signals. We analyze the
tradeoff between ON-state resistance and OFF-state subthreshold
current in conventional mixer switches and introduce a method
to break this tradeoff with the presented bootstrap technique.
The mixer is followed by a degenerated LNTA featuring partial
cancellation of its nonlinear output current. The receiver is
fabricated in 22-nm FDSOI CMOS and achieves over 16-dBm
IB IIP3 at room temperature and over 14-dBm IIP3 over the
industrial temperature range. It has a 190-MHz I and Q baseband
bandwidth, while its performance is demonstrated for a local
oscillator frequency range from 1 to 8 GHz.

Index Terms—Bootstrapping, high linearity, in-band (IB) lin-
earity, LNTA, mixer first, N-path, receiver, wideband.

I. INTRODUCTION

IN-BAND linearity is becoming increasingly important
in wideband receiver design. The introduction of carrier

aggregation and higher order modulation schemes increasingly
challenges the receiver’s linearity and blocker compression
point, especially when in-band (IB) blockers are present.

Most receivers that aim to address the growing bandwidth
and linearity requirements can be divided into two groups,
namely, passive mixer-first receivers and LNTA-first receivers.
Passive mixer-first receivers [1], [2], [3], [4], [5] are known
for their good linearity, as the passive mixer can be highly
linear. Amplification is done in baseband, where the signal
frequencies are much lower and feedback can be used to
linearize the amplifiers. LNTA-first receivers [6], [7], [8] offer
isolation between antenna and receiver and generally have
lower noise but have lower linearity than passive mixer-first
receivers. Optimizing the LNTA for very high linearity is
challenging since the LNTA needs to cover the entire RF
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Fig. 1. Overview of passive mixer-first receiver architectures (one path
shown). (a) Wideband receiver with MRC-based TIA [1]. (b) Receiver with
a passive matching resistor and TIA with virtual ground [2]. (c) Wideband
receiver with baseband noise cancellation [3]. (d) Proposed receiver with
bootstrapped switches.

range, which is large in software-defined radio architectures.
Our goal is high linearity; therefore, this work is based on a
passive mixer-first topology.

In [1], a passive mixer-first receiver is published that has
a wide bandwidth and good selectivity. A system overview
is shown in Fig. 1(a). The high selectivity is achieved
through a “modified regulated cascode” (MRC) amplifier,
which achieves 40 dB/dec selectivity at the baseband node.
However, the low IB IIP3 of −12 dBm makes it susceptible
to distortion when large IB signals are present. This can be
attributed to the high IB voltage swing at the mixer switches
and at the input of the baseband amplifier.

The receiver shown in Fig. 1(b) [2] uses a resistor for
RF V–I conversion and matching, a passive mixer, and a
baseband TIA for I–V conversion. Since the resistor is passive
and the mixer sees the TIA’s virtual ground, linearity is
excellent. The linearity of the TIA is enhanced through a
negative conductance parallel to the opamp’s virtual ground
canceling distortion currents. A downside of this topology is
that the 50 Ω RF resistor increases the minimum achievable
NF by 3 dB, resulting in poor noise performance. A similar
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Fig. 2. N-path filter with four paths assuming RS · CBB � Ton. The RF
and baseband signals can be seen at the left and right sides of the figure,
respectively. An OOB signal with fin = 1.5 fLO results in no baseband signal
swing, an IB signal with fin = fLO has a large-signal swing.

receiver for mmW frequencies is presented in [9]. In addition
to feedback linearization, the matching resistor RM is added
separately to each mixer path so that overlapping clocks can
be used. This reduces the effect of rise/fall time on the mixer’s
linearity.

To alleviate the noise penalty of the matching resistor RM,
a baseband noise-canceling architecture is presented in [3], as
shown in Fig. 1(c). An auxiliary path is added after the mixer,
consisting of an LNTA and a TIA, canceling the noise of the
main path. Since the LNTA is in baseband, it can be linearized
using degeneration without compromising the RF frequency
range. However, this comes with a major increase in power
consumption and, similar to the receiver in Fig. 1(a), linearity
is limited by the baseband voltage swing at the switches.

In this work, we propose the receiver in Fig. 1(d). It
features a bootstrap circuit specifically designed for N-path
mixer switches, followed by an LNTA that partially cancels
its nonlinear output current. The receiver is designed to operate
over a broad range of RF input frequencies with high IB
linearity and bandwidth, demonstrating that these techniques
can be applied in a variety of (software-defined) radios. In
Sections II and III, we analyze the IB linearity of the mixer
switches and the LNTA and propose circuits to improve their
IB linearity. Section IV provides the receiver’s schematic level
design, and Section V presents the measurement results.

II. BOOTSTRAPPED N-PATH FILTER

This work features a bootstrapped passive mixer that
improves the IB linearity of N-path filters. A basic N-path
filter is shown in Fig. 2 [10], consisting of four mixer switches
driven by four-phase nonoverlapping clocks with frequency
fLO. The input signal VIN with frequency fIN is filtered and
mixed to baseband, resulting in the signal VBB with frequency
fIN − fLO.

For out-of-band (OOB) signals, the linearity of N-path
passive mixers has proven to be excellent [4]. This is because

Fig. 3. Prior art switch drivers for N-path filters. (a) Conventional N-path
switch with a static bias voltage applied to the gate. VBIAS is optimized for
linearity. (b) RC bootstrap based on [11], with an RC frequency of 160 MHz.
(c) Clock boosting circuit based on [12] with VG,off ≈-VDD and VG,on ≈ 2VDD.
(d) Bootstrap circuit based on [13], with an additional switch isolating the
buffer in the ON-state [15]. (e) T/H switch [14], where VBB is connected
through an ideal buffer.

OOB signals are filtered, resulting in reduced signal swing
at nodes VRF and VBB, as illustrated in the top left of Fig. 2.
Therefore, the mixer switch sees only minor voltage variations
at its drain and source and thus has good linearity.

In contrast to OOB signals, IB signals are not filtered, which
means that the mixer switches see the full signal swing at their
source and drain, as indicated at the bottom of Fig. 2. This
gives rise to two nonlinear effects. First, in the ON-state, the
switch resistance Ron is modulated due to variations in the
gate–source voltage. Second, in the OFF-state, there is signal-
dependent non-zero subthreshold current due to gate–source
and gate–drain voltage variations. Both effects will be analyzed
and improved by the clock bootstrapping technique presented
in the remainder of this section.

A. Prior Art

Fig. 3(a) shows a conventional circuit used to drive N-
path mixer switches. A bias voltage VBIAS is applied to the
gate, which can be tuned to optimize linearity. Prior art
has proposed different techniques to improve the linearity of
passive mixers. In [11], the baseband voltage is superimposed
on the gate as a bias voltage through the use of an RC
circuit, as shown in Fig. 3(b). For low baseband frequencies,
this results in a constant overdrive voltage when the switch
is on, reducing Ron modulation. For signal frequencies near
the −3 dB bandwidth of this RC network, the phase of the
superimposed signal shifts, degrading the effectiveness of this
method. Unfortunately, this RC frequency cannot be increased
indefinitely, as it affects the clock swing negatively because the
clock is high-pass-filtered by the same network.
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Fig. 4. N-path circuit (one path drawn) with three different clock driving
circuits. Von,0 is the ON-state gate voltage if VBB = 0. (a) Conventional driver.
(b) Baseband voltage added to gate voltage. (c) Baseband voltage added and
VG = Voff = −0.4 V in OFF-state.

In [12], an N-path filter is proposed that uses clock boosting
to achieve high linearity and a high gain compression point,
as shown in Fig. 3(c). Using a charge pump, the clock signal
swing is boosted to 3VDD such that the gate voltage is 2VDD
in the ON-state and −VDD in the OFF-state. In this way, the
OFF-state current and ON-state resistance are both reduced.
The disadvantages of this method are that the clock power
increases significantly and that the gate–source voltage of the
switch exceeds VDD, which requires the use of thick-oxide
devices to avoid reliability issues.

In [13], the baseband voltage of an N-path filter is added to
the clock signal using two additional switches and a capacitor,
as shown in Fig 3(d). Compared to [11], the bandwidth limita-
tion is alleviated, but the additional switches see drain–source
and gate–source voltages larger than VDD, raising reliability
concerns.

A circuit that is often used in track and hold (T/H) appli-
cations is the bootstrap switch [16], as shown in Fig. 3(e).
This circuit is designed such that the gate follows the source
voltage in the ON-state, while the gate is reset to ground in
the OFF-state, greatly reducing Ron modulation. T/H bootstrap
switches are often used in applications with a sub-GHz clock
frequency; as we will see, high-frequency operation is an issue.

B. Switch Nonlinearity in N-Path Filters

In order to better understand the IB IIP3 of N-path filters
and the tradeoff between ON-resistance and subthreshold cur-
rent, we performed transient simulations with three different
idealized gate driving circuits, as shown in Fig. 4. The mixer
switch is a minimum length SLVT NMOS in 22 nm FDSOI
technology with RON ≈ 6.5 Ω (when VGS = VDD = 0.8 V) and
VT around 250 mV. The N-path filter consists of four paths
with a baseband bandwidth of 200 MHz (CBB = 6 pF) and
is driven from a 50 Ω source. A baseband shunt matching
resistor (not shown) is used to provide matching to the RF
source. The clock frequency fLO is 4 GHz.

The non-overlapping clocks are generated by ideal sources
and are buffered with two inverters using a VDD supply voltage.
VOFFSET is added to the clock signal after the clock buffers with

Fig. 5. Simulated N-path IB linearity for the clock techniques shown in
Fig. 4. VOFFSET is varied and VGS,on,0 is the ON-state gate–source voltage when
VBB = 0. Gate–source voltages exceeding the technology voltage limitations
are made gray.

an ideal voltage source. The switch used in Fig. 4(c) is ideal
and enabled when the clock is lower than 50 mV.

The simulated IIP3 is shown in Fig. 5 ( f1 = fLO + 48 MHz,
f2 = fLO +52 MHz, and fIM3 = 44 MHz). We performed sim-
ulations for different values of VOFFSET (VGS,on,0 = VOFFSET +
VDD is shown on the x-axis, where VGS,on,0 is the gate–source
voltage when VBB = 0 V).

The circuit in Fig. 4(a) directly drives the mixer switch with
VDD swing and offset VOFFSET. An increased VOFFSET (larger
VGS,on) decreases Ron modulation thanks to the increased
overdrive. The sub-threshold current contribution in the OFF-
state increases with increasing VOFFSET, as VGS,off increases.
In Fig. 5, we see that this results in an optimum IIP3 of
14 dBm at VGS,on,0 = 750 mV (VDD = 0.8 V), corresponding
to VGS,off = VOFFSET = −50 mV. Linearity can be improved
by increasing VDD, as both Ron and the OFF-state current
are reduced. Simulations with VDD = 1.0 V (for insight, this
exceeds the technologies voltage limitation) show an optimum
at VGS,on = 900 mV, with a 5.5 dB better IIP3.

The circuit shown in Fig. 4(b) adds the baseband voltage
to the clock signal. This reduces Ron modulation, as VGS,on
becomes independent of VBB. However, in the OFF-state,
VGD,off becomes larger when VBB is positive. Because the
MOSFET is symmetric, drain and source can be interchanged,
and the increased VGD,off leads to an increased reverse OFF-
state current. The IB IIP3 simulation in Fig. 5 confirms this; the
optimum is found at VGS,on = 625 mV and is 8.6 dB higher
than the previous circuit with VDD = 0.8 V. However, IIP3
quickly degrades for higher values of VGS,on.

The last circuit, shown in Fig. 4(c), adds the baseband volt-
age to the clock signal in the ON-state and sets the gate voltage
to Voff in the OFF-state. This method benefits from reduced
Ron modulation, while the OFF-state current is minimized with
a constant OFF-state gate voltage Voff , breaking the tradeoff

(there is no way to make VGD,off and VGS,off signal-independent
at the same time to completely eliminate signal-dependent
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Fig. 6. Schematic of the proposed N-path switch with bootstrapping.

OFF-state current). Linearity simulations with Voff = −400 mV
show an IB IIP3 of > 26 dBm and no degradation for higher
VGS,on. When VBB is added to both VG and the backgate VB
of the switch to reduce the body effect, the linearity increases
slightly with another 1 to 2 dB.

C. Bootstrap Implementation

We can conclude that the highest IB IIP3 can be achieved
with a circuit that has a signal-independent VGS in the ON-state
and a negative VGS in the OFF-state. However, it is difficult to
design a switch that achieves these two requisites and still has
the fast rise and fall time required to operate up to 8 GHz fLO.
Therefore, two simplifications are made to design a highly
linear bootstrapped switch.

First, in an N-path filter, the baseband voltage VBB does not
change significantly over a clock period since fLO � f−3dB,BB.
To obtain a signal-independent VGS, while the switch is on,
we can use a sampled value of the source voltage (VBB) as
it is approximately constant during a clock period. Following
from this, VBB is available when the switch is off, making it
possible to store this voltage on a bootstrap capacitor when
the switch is off, for use when the switch turns on.

Second, when a positive dc bias voltage is applied to the
baseband capacitors, a negative VGS is obtained in the OFF-
state by pulling the gate to ground. This dc bias voltage is
also beneficial for the subsequent baseband amplifiers since it
makes ac coupling redundant.

A circuit schematic implementing bootstrapping with these
two simplifications is shown in Fig. 6. The buffered clock
VCLK is directly connected to the bottom plate of the bootstrap
capacitor CB. Transistor M2 turns on when the clock is high
and connects the top plate of CB to the gate of M0, charging
it to VBB + VDD.

When the clock is low, M1 discharges the gate of M0 to
ground, while M3 charges the bootstrap capacitor CB to the
baseband voltage VBB. In order to turn on M3, an auxiliary
path consisting of CA and M4 is added to boost the gate of
M3 to VBB +VDD similar to the Nakagome charge pump [17].
The on-resistance of M3 is approximately 50 Ω so that the
voltage on CB settles within a few fLO cycles.

This bootstrap circuit generates a constant VGS,M0 = VDD in
the ON-state and a negative VGS,M0 in the OFF-state, assuming
that fLO � f−3dB,BB. Under this assumption, the VGS,M0

Fig. 7. Schematic of the buffer between the baseband node and the bootstrap
circuit.

Fig. 8. Simulated IB IIP3 at ∆ f = 50 MHz of the bootstrapped N-path front
end with different gains and phase shifts in the buffer. fLO = 4 GHz.

waveform is similar to that of a T/H switch [16], but our circuit
is much simpler. The number of intermediate nodes is kept to
a minimum to ensure correct operation up to fLO = 8 GHz
with fast rise and fall time. All drain–source and gate–source
voltages remain within the technology’s limitations to ensure
reliability.

D. Bootstrap Buffer

As the baseband node is biased at a dc voltage, there is
a dc voltage on the bootstrap capacitor CB. During every
clock cycle, some charge is transferred from CB to the gate
of M0, which needs to be replenished in the charging phase.
This results in a dc current flow from the baseband node
VBB to the bootstrap switch that is dependent on the clock
frequency. We placed a buffer between the baseband node
and the bootstrap switch to eliminate this dc current from
the baseband node, relaxing the receiver’s common-mode
feedback circuit (otherwise, this buffer is not required, as the
small-signal input impedance of the bootstrap circuit is much
larger than the required matching impedance at baseband).
Fig. 7 shows the schematic of the buffer. The common-source
output stage is biased with the dc current (Iout,DC) drawn by
the bootstrap switch (more on this later).

We simulated the effect of gain error and phase shifts in the
buffer on the bootstrap switch’s IIP3. Fig. 8 shows the result.
Linearity is highest with a gain larger than one. We expect
that this is the result of charge sharing between the bootstrap
capacitor CB and the parasitic capacitance at node VBOOST (see
Fig. 6). The IIP3 only varies with approximately 2.5 dB for
buffer gains between 0.9 and 1.1. Phase shifts in the buffer
have a much larger effect. A phase shift of 45◦ degrades the
IIP3 with more than 6 dB. Therefore, we designed a buffer that
has a closed-loop bandwidth of more than 1 GHz, limiting the
phase error at 200 MHz to approximately 10◦.
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Fig. 9. Simulated IIP3 of the bootstrapped N-path frontend with ideal and
transistor implemented bootstrap buffer (Fig. 7). Simulations with an improved
buffer design are added with a dotted line.

E. Simulation

We simulated the transistor implementation of the bootstrap
switch over a range of fLO with both an ideal buffer and the
buffer from Fig. 7. The resulting IIP3 is shown in Fig. 9
( f1 = fLO + ∆ f − 2 MHz, f2 = fLO + ∆ f + 2 MHz, and
fIM3 = ∆ f − 6 MHz). For fLO = 4 GHz and larger, the ideal
and transistor implemented buffer perform similarly. For fLO
smaller than 4 GHz, the IIP3 of the front end with transistor
implemented buffer is severely degraded. This is due to a
decrease in the output current Iout,DC, which is linearly depen-
dent on fLO (approximately 25 µA/GHz). This limits both gm

(bandwidth) and the slewing rate of the buffer’s output stage,
introducing gain and phase errors. Unfortunately, this was only
discovered during measurement but can easily be improved
with an additional 65 µA current source connected to the
output node, increasing the bias current of the common-source
stage. This adds approximately 0.2 mW power consumption to
the receiver. The simulated IIP3 of the front end with improved
buffer is added to Fig. 9 with dotted lines.

The simulation results for fLO = 1 GHz show a slightly
lower IIP3 than the result for fLO = 2 GHz. We expect this
to be the case as f−3dB is approaching fLO. The IIP3 degrades
slightly for fLO = 6 GHz and fLO = 8 GHz. We hypothesize
that this is due to an increasing contribution of the clock
transitions since these become more relevant compared to the
decreasing on-time.

F. Comparison With Prior Art

The IB IIP3 of the proposed N-path filter switch (Fig. 6)
has been simulated together with the prior art discussed
in Section II-A (Fig. 3). All circuits drive a mixer switch
(M0) that has the same dimensions as the switch used in
Section II-B. The other transistors and LO buffers are scaled
for a fast rise and fall time until no significant improvement

Fig. 10. Simulated N-path IB linearity for different schematics level
implementations at fLO = 4 GHz.

TABLE I
SIMULATED N-PATH P1dB , RISE/FALL TIME, NF, AND IDC FOR DIFFERENT

SWITCH DRIVER DESIGNS ( fLO = 4 GHz)

is seen. The buffer between VBB and the rest of the circuits is
modeled as ideal to isolate BB loading effects and to eliminate
the nonlinear effects of the actual buffer. The four-phase
nonoverlapping clocks are generated using a transistor-level
Windmill clock divider [18] (Section IV-A).

The mixer switches are embedded in an N-path front end
with four paths and 200 MHz baseband bandwidth (CBB =

6 pF). VBB and VRF are biased at VDD/2. A noiseless base-
band shunt matching resistor (not shown) is used to provide
matching to the 50 Ω RF source.

The IB IIP3 for fLO = 4 GHz is shown in Fig. 10. Two
input tones are applied to the RF input at f1 = fLO + ∆ f −
2 MHz and f2 = fLO + ∆ f + 2 MHz. The resulting baseband
IM3 tone is at ∆ f − 6 MHz. Additionally, Table I shows the
1 dB gain compression point, gate rise and fall time, NF at
50 MHz, and the supply current of the simulated designs. The
gain compression point is simulated using an input signal at
fLO + 50 MHz.

Idc is the average current consumption of one mixer switch
with its driving circuit, including two inverter LO buffers.
IBuf is the average current supplied from the buffer connected
between the baseband node and the switch drivers.

The conventional switch design [Fig. 3(a)] achieves approx-
imately 13 dBm IB IIP3. Linearity is 3 dB better at the
−3 dB bandwidth due to signal attenuation. The conventional
design has the fastest rise and fall time and the lowest power
consumption among the tested designs.
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The RC-based bootstrapped switch [11] [Fig. 3(b)] has
20 dBm IIP3 at low offset frequencies, but this degrades
quickly for larger offset frequencies due to attenuation and
phase shift introduced by the clock RC network. At offset
frequencies over 80 MHz, the IIP3 is even worse than that of
the conventional switch.

The switch with boosted clock [12] [Fig. 3(c)] achieves
18.6 dBm IIP3, which increases by 2 dB at the band edge.
The rise and fall times of this switch are long due to the
large voltage swing on the gate, but the slew rate at the gate
is slightly higher than the conventional switch. The power
consumption is the highest among the tested designs.

The bootstrap switch proposed in [13] [Fig. 3(d)] has a
IIP3 between 20.4 and 18.6 dBm. Rise time is similar to the
conventional switch when swing is taken into account, but it
has a long fall time due to a gate delay used to generate the
inverted clock.

This bootstrap design [13] [Fig. 3(d)] and the 3 ·VDD clock
boosting design [12] [Fig. 3(c)] were implemented using core
devices, although not all gate–source or drain–source voltages
are within the technology limits. Therefore, these designs
cannot be reliably fabricated with core devices, and thick-
oxide devices should be used instead, causing degradation of
performance.

The T/H switch [14] [Fig. 3(e)] achieves a 17.4 dBm IIP3,
which degrades to 16.9 dBm toward the band edge. However,
the rise and fall times are slow due to the large number of
intermediate nodes between the clock input and the gate of
the mixer switch M0. In addition, a large current IBuf is drawn
from the output of the buffer isolating the baseband node.

Our newly proposed bootstrap circuit (Fig. 6) provides
the highest IB IIP3 of 23.4–20.8 dBm. This is achieved by
keeping the ON-state gate–source voltage of the mixer switch
independent of VBB while ensuring good isolation in the
OFF-state by having a negative gate–source voltage. We also
minimized the number of internal nodes, resulting in a rise and
fall time similar to the conventional switch when a 1.5VDD VG
swing on the gate is considered. This makes it possible to
use the switch at high clock frequencies and reduces the
nonlinearity produced during clock transitions.

Its 1 dB compression point is also improved, allowing it
to handle large RF signal swings. The power consumption is
the lowest compared to the switches with wideband improved
IIP3 and blocker compression point. The noise figure (NF) is
similar to that of conventional N-path mixers. All gate–source
and drain–source voltages remain within the technology limi-
tations such that the circuit can be reliably implemented.

III. DEGENERATED LNTA WITH PARTIAL DISTORTION
CANCELLATION

Since the IB linearity of the passive mixer is significantly
improved through bootstrapping, an LNTA with an equally
high linearity is desired to achieve good overall IB receiver
linearity.

A. Linearization Principle

Inverter-based LNTAs are known for their good power-per-
noise performance due to the inherent bias current re-use.

Fig. 11. Nonlinear current in a degenerated inverter (1) and the current of a
transistor on the edge of saturation ID,sat, which is similar in shape but opposite
in sign. Adding ID,sat to IOUT (by injecting it at IINJ) yields a linearized output
current. Currents are not to scale; only the NMOS side is shown.

The linearity of an inverter can be optimized by appropriately
scaling the NMOS and PMOS, but the result is highly PVT
sensitive [19], [20].

A more robust method to linearize an inverter is to add
degeneration. Increasing the degeneration resistance increases
IIP3 at the cost of bandwidth and voltage headroom [3], but it
also reduces the overall transconducance and introduces noise.
In our work, the main limiting factor is the voltage supply of
0.8 V, which is not enough to achieve the linearity that we
want with degeneration alone.

In [20], analysis shows that the dominant source of third-
order distortion in a degenerated inverter is the transistor’s
second-order distortion. A “floating battery” is introduced
between the sources of the NMOS and PMOS to short-
circuit the second-order current, improving IIP3. Although this
concept works at RF using a capacitor, in our case, it would be
challenging to achieve a low impedance over a wide baseband
bandwidth as this requires a large capacitance.

In this work, we take another approach. We add bleeding
transistors parallel to the degeneration resistors of a degener-
ated LNTA, partly canceling the nonlinear current at the output
of the LNTA. To explain the concept, Fig. 11 shows the N-side
of a degenerated inverter LNTA (MN1 and RN). The dominant
source of distortion in a transistor is second order; therefore,
we model the MOSFET according to the square law model
(where βN = µNCOX(W/L)). The output current is

IOUT =
VIN − VT

RN„ ƒ‚ …
IOUT,linear

+
1 −
√

1 + 2βNRN (VIN − VT )
βNR2

N„ ƒ‚ …
IOUT,nonlinear

. (1)

Two parts can be distinguished: a linear part and a nonlinear
part containing a square root. Both contributions are plotted at
the top right of Fig. 11. We also plotted the drain current ID,sat
of the MOSFET MN2 just in saturation as a function of VDS at
the bottom right of Fig. 11. We make two observations. First,
the nonlinear component of the output current IOUT,nonlinear has
a similar but opposite shape compared to the drain current
ID,sat of a MOSFET in saturation. Second, the voltage VS in
Fig. 11 equals IOUT ·RN, which is proportional to VIN (ignoring
the nonlinear output current). Also, when a current IINJ is
injected at this node, it adds up to the output current IOUT
when gm,N1RN >> 1.
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Fig. 12. Schematic of the proposed LNTA including biasing circuits.

Therefore, when we connect the drain of MOSFET MN2 to
VS with appropriate biasing (VBIAS and VDS,0) and width, we
can partially cancel the nonlinear current of the degenerated
transistor MN1 at the output IOUT without additional power
consumption (excluding the biasing circuit). We do not have
analytical expressions for the nonlinearity cancellation because
simplified transistor models (e.g., square law model) do not
accurately describe the nonlinear behavior of the transistor
at the edge of saturation, but Sections III-B and III-C pro-
vide simulation results showing large-signal performance and
robustness to PVT spread.

B. LNTA Implementation

The schematic of our self-biased LNTA with nonlinearity
cancellation is shown on the left side of Fig. 12. The bias
voltages VG,N2 and VG,P2 control the amount of current through
the bleed transistors MN2 and MP2. The backgate voltage VB,N1
controls the zero-current output voltage of the LNTA. The total
transconductance of the LNTA is 33.4 mS.

The current through the bleed transistors MN2 and MP2 is
a ratio of the total bias current through MN1 and MP1. This
ratio is derived in a replica bias circuit, shown in the middle
of Fig. 12, and can be programmed with a transistor ratio
N. The bleed biasing circuit consists of eight parallel replica
transconductors (MN1′ and MP1′ ) with N bleed transistors
(MN2′ and MP2′ ) and no degeneration resistors. The gate
voltages VG,N2 and VG,P2 of the bleed transistors are set so
that the drain voltage of the replica bleed transistors is equal
to the common-mode drain voltage in the actual LNTA. In this
condition, the current density in the replica transconductors
MN1′ and MP1′ is the same as that in the actual LNTA such
that the current through the bleed transistors MN2 and MP2
is (8/N) times the current through MN1 and MP1. N can be
programmed from 20 to 40.

The zero-current output voltage of the LNTA is set with
the backgate of MN1. This bias voltage is generated using a
scaled-down LNTA replica circuit, shown on the right side
of Fig. 12. A unit-cell inverter with the same dimensions as
used in the OPAMP (described in Section IV-B) measures the
output voltage, and another inverter drives the backgate of MN1

Fig. 13. Normalized large-signal transconductance Gm of the pseudo-
differential LNTA with and without nonlinearity cancellation for different
values of N. VIN is relative to the input bias point. N = 33 gives the best
linearity.

so that the replica’s output voltage matches the self-bias point
of the op-amp.

To ensure stability between the feedback loops for the
backgate voltage VB,N1 and the bleed transistors, the bandwidth
of the loops setting the bleed bias is much smaller than that of
the loop setting the backgate voltage. Also, in the bleed biasing
loops, the gain from VG,N2′ to VD,N2′ is much larger than the
positive feedback from VG,N2 to VD,N2,CM so that the differential
input voltage (VD,N2′−VD,N2,CM) of the biasing amplifier always
sees negative feedback.

The simulated large-signal transconductance Gm of the
pseudo-differential LNTA is shown in Fig. 13 for different val-
ues of N to illustrate the distortion cancellation. For increasing
N, the bleed current is reduced so that the amount of nonlinear
current with opposite shape added to the output of the LNTA
is reduced. Optimal nonlinearity cancellation is observed for
N = 33. The bleeding transistors add approximately 10%
to the LNTA’s output noise, as the current through the
bleeding transistors is limited and other noise contributions are
dominating.

C. Robustness Over PVT

The LNTA linearization relies on the cancellation of two
effects that are roughly opposite in shape but not physically
correlated. This raises PVT robustness concerns. Since their
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Fig. 14. Simulations of the IIP3 of the degenerated LNTA with and without partial nonlinearity cancellation over. (a) VDD voltage variation, (b) temperature,
and (c) only mismatch spread (Monte Carlo with 200 samples). The simulations have been performed with two input tones at 98 and 102 MHz.

shape is opposite, an improvement in linearity is expected,
even if there is a mismatch in shape. To quantify this improve-
ment, IIP3 simulations are performed that incorporate PVT
variations. The biasing circuit is included in these simulations.
The bleed ratio N is fixed to 33 for all simulations, unless
otherwise indicated.

Fig. 14(a) shows the IIP3 of the LNTAs for a supply voltage
variation of ±10%. The LNTA with cancellation achieves an
IIP3 which is at least 6 dB higher than that of the degenerated
LNTA. Fig. 14(b) shows the IIP3 over a temperature ranging
from −40 ◦C to 85 ◦C, showing an improvement of at least
6 dB.

A Monte Carlo simulation with 200 samples is performed
to show the linearity improvement over mismatch variations.
The result is shown in Fig. 14(c). The IIP3 of the LNTA with
cancellation has more spread than the degenerated LNTA, but
the lowest IIP3 out of 200 samples is still 6 dB higher.

Similar mismatch simulations were done for different pro-
cess corners (SS, FF, SF, and FS) at −40 ◦C, 25 ◦C, and 85 ◦C,
each with 200 samples. In these simulations, the optimal value
of N was programmed for each corner and temperature through
a “batch calibration.” The improvement in linearity compared
to the degenerated LNTA over all these simulations is at least
5 dB. In the case where no process corner and temperature
calibration is performed and N is fixed to 33, the improvement
is still at least 2 dB, while most samples perform much better.

Hence, this linearization technique can give us a noticeable
increase in IIP3 compared to a regular degenerated LNTA, at
no additional power cost (excluding biasing).

IV. RECEIVER DESIGN AND SIMULATION

Fig. 15 shows the full receiver, driven from a single-ended
50 Ω RF source. The detailed schematics of the bootstrap
Switch, Bootstrap buffer, and the LNTA are found in Figs.
6, 7, and 12. The receiver is designed to operate over an LO
range of 1–8 GHz but is optimized for fLO = 4 GHz.

A. N-Path Front End and Clock Generation

The N-path front end consists of four mixer switches with
minimum length and RON ≈ 6.5 Ω. The value of CBB is 5.4 pF,
which, together with the input capacitance of the LNTA,

gives an N-path filter baseband bandwidth of approximately
200 MHz. The gates of the mixer switches are driven by the
bootstrap circuit as introduced in Fig. 6 in Section II-C.

The clock signal is derived from an externally applied clock
signal with frequency 2· fLO. The clock signal is first amplified
with inverters and converted to a square wave, after which it
is divided into a four-phase clock with 25% duty cycle. The
clock divider is based on the Windmill divider [18], which
provides a compact design with good phase noise performance.
Its schematic is shown at the right of Fig. 15.

The simulated phase noise at the output of the clock divider
and at the gates of the N-path switches (including the bootstrap
driver) is shown in Fig. 16. The clock buffer before the divider
is not included in the simulations. The phase noise of the
divider is approximately −167 dBc/Hz, while the phase noise
at the gate of the N-path switches is approximately 2 dB
higher.

B. TIA
We implemented the TIA using an OPAMP with a feedback

network consisting of resistor RF and capacitor CF. RF deter-
mines the transimpedance of the TIA and is 150 Ω. CF limits
the bandwidth of the TIA to 350 MHz and is 3 pF.

In order to achieve the desired linearity, a three-stage
inverter-based OPAMP is used for its high open-loop gain
over a wide bandwidth [3]. The design is shown at the bottom
right of Fig. 15. It is built from parallel inverter unit-cells with
12.7 mS transconductance. The first inverter gm1 in the main
path is scaled for noise, while the third inverter gm3 is scaled to
drive the load. A Miller compensation network, consisting of
CC and RC, sets the dominant pole. The feedforward inverter
gm4 ensures 20 dB/dec roll-off at the unity-gain frequency.

Fig. 17 shows the simulated open-loop gain and phase
response of the OPAMP, incorporating the load capacitance.
The unity-gain bandwidth is 4.5 GHz and the open-loop
gain at 200 MHz is 41 dB thanks to the second-order roll-
off above 0 dB. The phase margin is 60◦. Each OPAMP
has approximately 4.6 mA bias current, of which half is
spent in the fast-path gm4 to achieve the high unity-gain
bandwidth.

Fig. 18 shows the resulting IIP3 of the TIA. We simulated
it together with an ideal 33.4 mS transconductor modeling the
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Fig. 15. Full system schematic of the bootstrapped N-path receiver, including the schematics of the clock divider, OPAMP, and measurement circuit. The
OPAMP is based on the design in [3]. The non-overlapping clocks are generated using a clock divider based on the work in [18].

Fig. 16. Simulated phase noise at the output of the clock divider and at the
gate of the N-path switch at fLO = 4 GHz.

Fig. 17. Simulated open-loop gain and phase response of the OPAMP.

LNTA and a baseband model of the N-path filter. The IIP3
is referred back to the RF input of the receiver, assuming
that the N-path filter has no losses. The IIP3 is more than
20 dBm at low offset frequencies. At higher frequencies the
IIP3 decreases due to the reduced open-loop gain of the
OPAMP. Linearity increases around 180 MHz thanks to N-
path filtering.

C. Matching and Common-Mode Feedback

The resistors RM are used to achieve matching to a 50 Ω

source impedance. They are placed around the baseband

Fig. 18. Simulated IIP3 of the TIA including a linear model of the N-path
filter and LNTA.

amplifier to reduce their noise contribution and have a value
of 2 kΩ. As the baseband amplifiers have a positive gain, the
matching resistors are cross-coupled between the differential
outputs to ensure negative feedback. However, this creates
positive common-mode feedback. Therefore, we designed a
common-mode feedback network that has a larger gain than
the matching network to avoid instability.

The desired common-mode voltage at the output is the self-
bias point of the inverters used in the OPAMP. Two inverter
unit-cells convert the output voltages VI+ and VI− into a current
(see the top left of Fig. 15). These currents are added and
converted to a voltage by a shunted inverter, yielding two times
the CM voltage error. Two resistors RCMFB apply the amplified
CM error to the baseband nodes. The value of RCMFB is the
same as RM such that the CMFB is stronger than the positive
feedback from the matching network, even when the output is
clipped to the supply. Choosing a larger RCMFB would benefit
noise performance, but makes it impossible for the circuit to
recover from large CM disturbances.

D. Simulation Results

We simulated the receiver with and without the bootstrapped
N-path switches and linearized LNTA to assess their lin-
earity benefit. The simulation results are shown in Fig. 19
( f1 = fLO + ∆ f − 2 MHz, f2 = fLO + ∆ f + 2 MHz, and
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Fig. 19. Simulated IB IIP3 at fLO = 4 GHz with and without bootstrapped
N-path switches and LNTA linearization.

Fig. 20. Simulated receiver IB IIP3, P1dB, and NF with and without
bootstrapped N-path switches and LNTA linearization. ∆ f = 50 MHz for
all simulations.

fIM3 = ∆ f − 6 MHz). The full receiver has an IB IIP3 of
23 dBm at low offset frequencies, corresponding to the front-
end simulations in Section II-F. At higher offset frequencies,
the IIP3 decreases, as it is limited by the TIA (see Fig. 18).

When conventional N-path switches are used in the receiver,
the IIP3 drops to 14 − 17 dBm. This is similar to the results
obtained in Section II-F. Above 150 MHz, the IIP3 is slightly
higher, expectedly due to cancellation of different IM3 prod-
ucts. Disabling distortion cancellation in the LNTA reduces the
IIP3 of the receiver to approximately 11 dBm. Additionally,
Fig. 20 shows the IB IIP3, P1dB, and NF for different LO
frequencies at ∆ f = 50 MHz.

V. EXPERIMENTAL RESULTS

The receiver is fabricated in the 22 nm FDSOI CMOS
process from GlobalFoundries and packaged in a 6 × 6 mm2

QFN package. A die micrograph is shown in Fig. 21(a). The
active area is 0.30 mm2.

The chip is powered from a 0.8 V supply voltage and
consumes 37.6 mW + 1.1 mW/GHz. A power breakdown
at fLO = 4 GHz is shown in Fig. 21(b). The contributions

Fig. 21. Fabricated chip in 22 nm FDSOI CMOS and its power breakdown
at fLO = 4 GHz. (a) Chip micrograph. (b) Power breakdown.

of the LNTA, TIA, and biasing circuits are split from the
total baseband power consumption based on their relative
contributions extracted from simulation. The biasing circuitry
has a relatively high power consumption, mainly for generating
the bleed transistor bias, as it is optimized for programmability
and not for low power. Its power consumption could be
reduced by reducing the width of the replica circuit used for
biasing the bleed transistors (at the cost of a larger step size
of the bleed bias control) or by sharing the biasing circuitry
between I and Q. For different fLO, only the clock power
contribution changes.

A. Measurement Setup

Two measurement circuits are implemented on-chip, as
shown in the top right of Fig. 15. A buffer with 50 Ω output
impedance and 1× gain is implemented for noise and gain
measurements. This buffer is combined with a 2:1 balun on the
measurement PCB. The dc gain of the buffer is de-embedded
from the measurement results through simulation. The baluns
on PCB are de-embedded through measurement.

For the large-signal linearity measurements, a passive probe
half-circuit is implemented on-chip. This circuit is terminated
with a 4:1 balun for differential to single-ended conversion
and the 50 Ω input impedance of the measurement equipment
such that each half-circuit effectively sees 100 Ω and some
parasitic capacitance. There is some mismatch in the probe
circuit, but this is not an issue as the pole/zero pair lies outside
the measurement bandwidth.

The current through the bleed transistors in the LNTA is
set to approximately 31% of the LNTA bias current. This
corresponds to a code of N = 26 and is used for all mea-
surements and samples, including measurements at different
ambient temperatures. Simulations are performed with N = 33.
These values of N are chosen for optimal linearity at ambient
temperature in measurement and simulation.

B. Measurement Results

The receiver’s gain and |S 11| are shown in Fig. 22. The gain
of the receiver is approximately 20 dB with an RF bandwidth
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Fig. 22. Measured |S C21 | and |S 11 | for clock frequencies between 1 and
8 GHz.

Fig. 23. Measured |S C21 | and NF at fLO = 4 GHz. Simulation results are
added with dashed lines.

of 380 MHz. For the |S 11| measurement, we de-embedded the
measurement PCB up to the package of the receiver chip. |S 11|

is better than −10 dB at fLO and around −6 dB at the band
edges, caused by the N-path filtering. The notch of |S 11| is
shifted to slightly lower frequency than fLO due to the bond-
wire inductance.

Fig. 23 shows the receiver’s gain and NF at fLO = 4 GHz
along with simulation results (dashed lines). The minimum
NF is 3.8 dB and the integrated NF from 10 to 190 MHz is
4.4 dB. The simulated gain and BW are, respectively, 1 dB
and 10 MHz larger than measured. The NF is similar. The
measured gain at −40 ◦C is 0.3 dB higher than at room
temperature and at 85 ◦C it is 0.5 dB lower. We measured
harmonic rejection at fLO = 1 GHz. The HR3 is 9 dB and
HR5 is 14.1 dB, as expected from a four-phase mixer with
25 % duty-cycle clocks.

We measured the IB IIP3 of three samples at fLO = 4 GHz
and at different ambient temperatures to show the robustness
of the nonlinearity cancellation in the LNTA over temperature.
The result is shown in Fig. 24. Two −25 dBm test tones are
applied at the RF input with frequencies f1 = fLO + ∆ f −
2 MHz and f2 = fLO + ∆ f + 2 MHz. The resulting IM3 tone
is measured at ∆ f−6 MHz. We ensured that the IM3 distortion
and noise from the measurement setup is approximately 10 to
20 dB lower than the receiver’s IM3.

The resulting IB IIP3 is > 14.5 dBm for all samples and
temperatures and > 16 dBm at 25 ◦C. The IB IIP3 at 25 ◦C
is lowest around the band edge, and seemingly limited by
the IIP3 of the TIA as simulated in Fig. 18. We hypothesize

Fig. 24. Measured IB IIP3 at fLO = 4 GHz for three different samples
(indicated with markers) and different ambient temperatures. Simulation
results are added with dashed lines.

Fig. 25. Measured OOB IIP2, OOB IIP3, and blocker compression point at
fLO = 4 GHz. Three samples are measured and indicated with markers; the
results for IIP3 and B1dB largely overlap.

that the peaks in IIP3 at −40 ◦C are due to cancellation
of different IM3 products generated by the N-path switch,
LNTA, and TIA. The simulation results are added with dashed
lines. The simulations at 25 ◦C and 85 ◦C match well with
the measurement. However, the simulation at −40 ◦C has a
noticeably lower IIP3 than the measured value (only 6.5 dBm
at f−3 dB). We expect that this is due to the tuning range
of the LNTA back-gate bias (VB,N1) not being large enough
in simulation. An additional simulation at −20 ◦C is added,
which matches closer to the measurement. The effect of
temperature variation on linearity could be reduced by, e.g.,
using temperature-dependent nonlinearity cancellation in the
LNTA.

In Fig. 25, we show the OOB linearity measurement results
for three samples at room temperature. The OOB IIP3 is
measured by applying two −25 dBm test tones at f1 = fLO+∆ f
and f2 = fLO + 2 · ∆ f − 50 MHz such that fIM3 = 50 MHz.
The resulting OOB IIP3 is larger than 14 dBm.

It is noted that the IB IIP3 is better than the OOB IIP3.
This is due to the buffer used in the bootstrap switch. This
buffer introduces a phase shift between the residual baseband
signal and the bootstrap switch for OOB signals, negating the
linearity benefit of the bootstrap switch.
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Fig. 26. Measured constellation of a −55 dBm 100 MS/s 256-QAM signal.
The corresponding EVM is −30.1 dB.

Fig. 27. Measured blocker NF at 50 MHz with fLO = 4 GHz and fBlocker =
3.05 GHz.

The OOB IIP2 is measured with two −25 dBm test tones
at f1 = fLO + ∆ f and f2 = fLO + ∆ f + 50 MHz, such that
fIM2 = 50 MHz. The resulting IIP2 is better than 45 dBm.
There is a relatively large spread in IIP2 between the samples,
expectedly due to mismatch in the pseudo-differential design.

The blocker compression point is measured by applying a
−30 dBm test tone at fLO+50 MHz and a blocker at f1 = fLO+
∆ f . The blocker power at which the test tone is compressed by
1 dB is shown in Fig. 25. For IB frequencies, the compression
point is approximately −12 dBm for all samples, limited by
the output swing of the TIA. This increases to 6 dBm for OOB
frequencies thanks to N-path filtering, which reduces the signal
swing at the TIA.

We measured the performance of the receiver when a
−55 dBm 100 MS/s 256-QAM signal at 4.1 GHz with fLO =

4 GHz is applied. Fig. 26 shows the received constellation.
The measured EVM is −30.1 dB. Fig. 27 shows the NF at
50 MHz for fLO = 4 GHz when a blocker is applied at
fLO − 5 f−3dB. The 0 dBm blocker NF is 8.8 dB.

Fig. 28 shows the integrated |S C21| and NF across different
fLO. The gain and integrated NF degrade 1.4 and 2.2 dB,
respectively, from fLO = 1 to 8 GHz, showing that the receiver
can be used for a wide range of RF input frequencies.

Fig. 29 shows the IB IIP3, IIP2 and B1dB across different
fLO. The IB IIP3 is measured over the entire bandwidth (like
in Fig. 24) for three samples at room temperature, where the
smallest value within the bandwidth for each sample and fLO
is shown in Fig. 29. The IIP2 is measured at ∆ f = 60 MHz
and B1dB is measured at ∆ f = 3 f−3dB = 570 MHz.

Fig. 28. Measured integrated NF (10–190 MHz) and |S C21 | across LO
frequencies.

Fig. 29. Measured IB IIP3, IIP2 (∆ f = 60 MHz) and B1dB (∆ f = 3 f−3dB)
across LO frequencies. For IIP3 and IIP2, three samples are measured and
indicated with markers.

The IB IIP3 does not degrade at high fLO, demonstrating the
high speed of the N-path bootstrap switch. For fLO lower than
4 GHz, the IB IIP3 degrades due to a design error in the voltage
buffer employed between the baseband node and the bootstrap
switch, as described in Section II-D. An improvement is also
given there. The IIP2 and B1dB do not change much with clock
frequency. Only B1dB at fLO = 1 GHz is lower as ∆ f is nearing
2 fLO.

C. Comparison

A comparison with prior-art wideband receivers with over
150 MHz baseband BW is shown in Table II. The reported IIP3
of our receiver is the minimum measured over the IB/OOB
frequencies at fLO = 4 GHz. The noise canceling mixer-first
receiver by Bhat et al. [3] achieves similar BW and gain
but has approximately 7 dB lower IB IIP3. It does, however,
achieve more broadband input matching and lower NF than
our work, at the cost of > 4× higher power consumption.

The LNTA-based receiver by Jiang et al. [6] achieves a
similar IB IIP3 to our receiver but has a lower gain and higher
NF. In addition, our work has approximately 3× lower power
consumption.
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TABLE II
PERFORMANCE SUMMARY AND COMPARISON WITH WORKS ACHIEVING OVER 150 MHZ BB BW

The receivers of Montazerolghaem and Babaie [7] and
Razavi and Razavi [8] achieve similar NF, but much lower
IB IIP3 than our receiver. They have a higher gain, but our
IB OIP3 is > 6 dB better. Our work has a much lower power
consumption and active area. However, these receivers do have
better selectivity to suppress OOB signals, although their OOB
IIP3 is not better.

Overall, this work achieves the highest IB IIP3 with the
lowest area and power consumption and with comparable NF
compared to state of the art.

VI. CONCLUSION

We propose a receiver with a high 16dBm IB linearity
over a 190 MHz BB BW, operating over a wide 1–8 GHz
RF frequency range. We achieve this with a bootstrapped N-
path mixer, in which the gate voltage of the mixer switch
tracks the receiver’s baseband voltage. This mixer switch
operates over a large range of LO frequencies. We also
present an LNTA that partially cancels its distortion, improv-
ing IB IIP3 without adding significant power consumption.
These techniques can be applied to N-path-based receivers
to improve linearity at only a minor increase in power
consumption.
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